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A 4-MHz CMOS Continuous-Time
Filter with On-Chip
Automatic Tuning

FRANCOIS KRUMMENACHER anp NORBERT JOEHL

Abstract —This paper presents a third-order elliptic low-pass continu-
ous-time filter with a 4-MHz cutoff frequency, integrated in a 3-pm p-well
CMOS process. The design procedure is based on the direct simulation of
a doubly terminated LC ladder filter by means of capacitors and fully
balanced, current-controlled transconductance amplifiers with extended
linear range. The on-chip automatic tuning circuit uses a phase-locked loop
implemented with an 8.5-MHz controlled oscillator that matches a specific
two-integrator loop of the filter. The complete circuit features 70-dB
dynamic range (THD < — 50 dB) and consumes only 16 mW from +2.5-V
supplies.

1. INTRODUCTION

NTEGRATED continuous-time filters are suitable

solutions to perform a variety of signal processing
tasks. Examples include radio and video frequency filter-
ing applications and anti-aliasing filters in digital or
switched-capacitor (SC) systems.

Two main approaches to the design of such filters that
are fully compatible with current CMOS technologies have
been successfully used to date. One combines MOS tran-
sistors used as voltage-controlled resistors together with
capacitors and MOS operational amplifiers to realize the
so-called “MOSFET-C active filters” [1], [2] whereas the
other one makes use of capacitors and MOS transconduc-
tance elements only [3], [4]. In any case, an automatic
tuning circuitry is necessary to maintain precise filtering
characteristics against process variations, temperature drift,
aging, etc.

This paper is relevant to the second approach and
describes a novel class 4 transconductance element with
improved linearity performance and its application to con-
tinuous-time filtering at video frequencies. The automatic
tuning control and related problems are also discussed in
detail.

I1. Basic DESIGN CONSIDERATIONS

As a starting point, it is worth considering the simple
differential pair integrator proposed in {3] (Fig. 1). In
addition to its simplicity, tunability, and area efficiency,
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this integrator configuration potentially achieves the best
high-frequency performance because it makes use of a
single source-coupled differential pair to implement the
voltage-to-current converter function (as opposed to con-
figurations with multistage operational amplifiers which
suffer from large amounts of excess phase at high
frequency, causing unacceptable errors in the filter re-
sponse).

Although requiring additional circuitry to provide for
common-mode feedback, a balanced output will improve
both the dynamic range and the power supply rejection
which become critical parameters in high-frequency appli-
cations for mixed analog/digital systems.

One major disadvantage of this elementary integrator,
however, is that in order to maintain harmonic or inter-
modulation distortions at acceptable levels and to limit the
unity-gain frequency shift [3] due to the nonlinear behavior
of the source-coupled pair, the current modulation in the
transistors must be kept low. Consequently both the sig-
nal-to-noise ratio and the efficiency (the ratio of the maxi-
mum signal power to the supply power consumption) are
limited.

Several circuit techniques for improving the linearity of
MOS transconductance elements have been proposed in
the literature. In [5], linearization is achieved by simply
adding an auxiliary cross-coupled differential pair to the
source-coupled pair and by properly scaling their W/L
ratios and tail currents. Another possibility is to degener-
ate the source-coupled pair by means of a MOS transistor
operating in the triode region [6]. A combination of both
techniques yields even better linearity performance [6], [7].
Other linearization methods use grounded-source triode-
mode MOST’s [8], cross-coupled quad configurations [9],
or class AB operation [10]-[12].

Although offering better linearity performance and lower
quiescent power dissipation, class 4B operation leads to
increasing electromagnetic compatibility problems (e.g.,
crosstalk via supply lines and substrate) and is therefore
not to be considered for filtering applications in the mega-
hertz range and above. Solutions involving current mirror-
ing [9]-[12] or sophisticated cascode devices [8] must also
be rejected because they suffer from significant excess
phase at high frequency.

Starting from the standpoint that simplicity and good
high-frequency performance are the essential features of a
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Fig. 1. Simple differential pair integrator.

linearized transconductance amplifier intended for video
filtering applications, a new balanced voltage-to-current
converter derived from [3] and [6] was developed. This
circuit is described in the next section.

III. A New LINEAR CMOS TRANSCONDUCTOR

The schematic diagram of a fully balanced transconduc-
tance amplifier with a novel four-transistor input stage
(shown in thick lines) is depicted in Fig. 2. Transistors M1
and M1’, biased by current sources M3 and M3', form the
input differential pair, the transfer characteristic of which
is linearized by the voltage-controlled degenerating “resis-
tors” M2 and M?2'. The common-mode output voltage is
stabilized by M5 and M5’, which operate in the triode
region [3].

In order to get a qualitative understanding of the behav-
ior of this new input stage, the circuit is first analyzed
using the simple square-law MOSFET model and assum-
ing that M1, M1, M2, and M2’ are in a common well
(e.g., connected to V). For convenience, the following
parameters are introduced:

a=1+31/432 (1)
and
aloul Ibias
8mo = = (2)
0 Vi V=0 a(Vcs“VT)Ml

For low values of the input voltage V,_, transistors M2 and
M?2' are working in the triode region and the following
normalized transfer characteristic is easily obtained (here a
purely differential input voltage is assumed):

i=ovl-v%/4 (3)

where

0= 8,0Vin/Tvias (4)
i=10ut/1bias' (5)

From the above equations, it may be concluded that within
a limited input voltage range the transfer characteristic of
the input transconductance element is similar to that of a
conventional source-coupled pair biased at a gate over-
drive voltage equal to a(V;5 — V7). Deviation from this
well-known behavior occurs when either M2’ (for V,, > 0)
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Fig. 2. Linearized CMOS differential transconductance amplifier.
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Fig. 3. Normalized i/v curves obtained from (1)-(8) for different

values of the ratio 8, /B,.
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Fig. 4. Calculated i /v transfer characteristic and small-signal transcon-
ductance g, = d1,,, /dV;, of the transconductor of Fig. 2 according to

(1)=(8) for B, /8, = 6.7.

or M2 (for V; <0) enters the saturation region, that is

when
a’?+a+0.5
“EY 0

The normalized transfer characteristic then becomes

. [av\/4a72 i\/4a—1~azvz]2

(4a 1)

ngVin

vl = (6)

Ibias

(™)

where the positive (negative) sign holds for a positive
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(negative) input voltage. The maximum output current

(1, = I, Or i =1) is reached for
ngVm »4a -2 8
o] = Lo =0y = PR (8)

The resulting normalized i /v curves calculated for dif-
ferent values of the ratio 8, /B, are plotted in Fig. 3. The
optimum value of the latter ratio for the best linearity
performance appears to be around 7. Fig. 4 is another
illustration of the behavior of the four-transistor input cell
showing the variations of the small-signal transconduc-
tance g,, = dl.,/dV,, (for B,/B,=6.7) according to the
above equations. The inaccuracies of the model used be-
come evident when considering the angular shape of the
g, curve at the transition from the triode to the saturation
mode for M2 and M2’ and at the points where g,, ap-
proaches zero. These angles are smoothed when the devia-
tions from the simple square-law model in the vicinity of
the threshold and at the transition from the triode to the
saturation region are taken into account. More accurate
simulation and experimental data confirm that the ripple
in the actual g,, curve is smaller than modeled in Fig. 4
and that it may be further reduced by lowering the quies-
cent gate overdrive voltage V5 — V7 of the transistors.

For example, with B, /B,=6.7 and Vs —Vy>1V, g,
typically varies by +2.5 percent over 80 percent of the
output current range (|1,,,| < 0.81,,). However, the linear-
ity is improved when the transistors are biased at reduced
current densities (i.e., 0.2 V<V;5—V,<0.5 V), which is
often desirable for other reasons, such as to achieve higher
dc voltage gain, lower bias current, or lower supply volt-
age. In this case, the deviations from the square-law model
due to the proximity of the moderate inversion region are
much more important and result in a significant reduction
of the ripple in the transconductance characteristic (varia-
tions of less than +1 percent are achievable). On the other
hand, the optimum ratio 8,/B, for the best linearity
performance becomes slightly dependent on the quiescent
gate overdrive voltages Vs — V7. This is a limitation of the
technique since the dc bias point of the devices must be
allowed to vary by a certain amount to compensate for
fabrication tolerances and temperature variations. In the
case of transconductor /capacitor filters the cutoff or center
frequency f. is proportional to the ratio of the transcon-
ductance g, to the integrating capacitance C:

fo~ 8,/C with g, ~ B(Vos = Vr) ~ Blya - (9)
Thus

Vos—Vr~1C/B (10)
and

L ~ (£.C)/B. (11)

For a given frequency response (constant f.), assuming
that the tolerances on process parameters C and f are
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+10 and =+20 percent, respectively, and that the circuit
must operate over a S0°C temperature range with a tem-
perature coefficient of typically 0.5 percent/ °C for B (the
temperature coefficient for C is usually negligible), the dc
bias point of the input devices M1 and M2 may fall within
the following limits:

V.— V. C 4 max
( GS T)max _ _max B =24 (12)
(VGS — VT)min min Bmm
and
I, Conax B
( blas)max _ _max 'Bm—“ =29, (13)

( Ibias )min - Cr%)in Bmin

Measurements made on an integrated version of the circuit
of Fig. 2 will illustrate how these variations can affect the
circuit performance.

If the input common-mode voltage is not constant with
respect to the bulk potential, even-order terms will appear
in the i /v transfer characteristic. These distortions may be
minimized by increasing the bulk reverse voltage to reduce
the body effect. For a purely differential mode input
signal, the remaining even-order distortions would result
from device mismatch, which has to be minimized by
appropriate layout disposition.

In spite of the aforementioned limitations, this circuit
offers an attractive combination of good high-frequency
behavior, linearity, and low power dissipation for a re-
duced circuit complexity.

The complete transconductance circuit of Fig. 2 was
fabricated in a 3-um p-well CMOS process. The design
parameter values were g,,=150 pA/V and I;, =100
pA, so that (Vos—V)pn, =027 V. With Ly =1L,=5
wm, this corresponds to W, =39 pm and W, =66 pm
(B,/B,=6). As can be seen from the experimental data
shown in Fig. 5, the nonlinearity stays well below 1 per-
cent of the full-scale output current up to 80-percent
current modulation (1, /I, < 0.8). This holds for a single
(unbalanced) input (Fig. 5(b)) as well as for a differential
(balanced) one (Fig. 5(a)).

In Fig. 6, the measured small-signal transconductance
g, = 91, /dV;, is also plotted as a function of the input
voltage for different bias currents. With the nominal bias
conditions (Fig. 6(a)), g, does not vary by more than
+0.8 percent for I, /I, <0.65. For higher bias cur-
rents, the “hump” in the middle of the g, curve is
enhanced (Fig. 6(b)) suggesting that for the transistors
operating more deeply in strong inversion, the optimum
ratio B8, /B, is slightly larger than 6. On the contrary, that
“hump” tends to disappear at lower current densities (see
Fig. 6(c)) where the optimum B, /B, is smaller than 6. In
the two latter cases the ripple in the transconductance
characteristic has raised up to +1.6 percent for I, /1y,
< 0.65.

In this implementation, input transistors M1, M1’, M2,
and M?’ are in a common p-well connected to V. Conse-
quently, the transconductance is slightly dependent on the



KRUMMENACHER AND JOEHL: 4-MHz CMOS CONTINUOUS-TIME FILTER

753

ERROR —— —1I0UT
(x) (LA)
T
1.000| 1‘ — —4 100.0
~
L ‘ - p
L / A
! s
.2000[ ] 7 1 20.00
/div] /div
e SE— o
s |
L v | J
00 S | . ~100.0
~1.000 0 1.000
VIN .2000/div (V)
(a)
ERROR —— —I0UT
(&3 (uA)
1.000L 4 100.0
.2000[ 7 20.00
/div| /div
o] S —— Ho
-1.000 -100.0
-1.000 0 1.000
VIN .2000/div (V)
(b)
Fig. 5. Measured transfer characteristics of the transconductor of Fig. 2

for Vi = = Vgs =25V, L;, =100 pA (a) with a differential input
and (b) with a single input. T The nonlinearity error is expressed here as
a percentage of the full-scale current I,

dc input common-mode voltage (body effect). This depen-
dence, which is found to be less than 2 percent/V, may
reduce the supply rejection capability but it does not
degrade the linearity performance.

Other performance characteristics of the integrated
transconductance amplifier are summarized in Table I.
The most limiting factors for filter applications are likely
to be the low dc voltage gain (37 dB) and the transconduc-
tor matching accuracy of 0.7 percent (standard deviation).
The latter should be compared to the typical 0.2-percent
capacitor matching accuracy obtained with the same pro-
cess.

IV. FILTER IMPLEMENTATION

The filter synthesis method starts from the third-order
LC ladder meeting the filter specifications (Fig. 7(a)). The
first step towards integration is to simulate the inductor
with a gyrator—capacitor combination (Fig. 7(b)). Next, to
make possible the use of fully balanced active elements,
the series capacitive path C* is transformed into two
symmetric branches with twice the initial capacitor value,
so as to keep the same reactance level (Fig. 7(c)).
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Fig. 6. Small-signal transconductance 8y =01, /3V,, for different
bias conditions: (a) Vj, = — Vg = sV, 1 b,d\—IOO [LA (b) Vpp =
—Vss=4 V, I;,, =200 pA; and (c Vop = s =25V, L=
50 pA.

Each gyrator may then be implemented with a closed-
loop connection of two balanced transconductors. Two
more transconductance amplifiers, each connected in
unity-gain configuration, are used to simulate the termina-
tion resistors. This yields the circuit depicted in Fig. 8,
where the input transconductance element has been dou-
bled to compensate for the inherent 6-dB loss of the
passive LC prototype and the voltage between nodes 2
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TABLE 1
TypicAL CHARACTERISTICS OF THE INTEGRATED
TRANSCONDUCTANCE AMPLIFIER OF FIG. 2
(Vpp=—Vss =25V, Ij;,s =100 pA)

Im = 150 WA

Jo = DHANY

m 3= 7S
caquivalent differertial input capac:tance Cin = 042 pF
squivalent differential output capatitance Cout = 022 pF
Mitler capacitance Cr=013pF
input of f3et voltage (standard deviation) Vos = 2mV

transconduciance matching accuracy

{3tandard deviator) AQm/0m =07 %

(a)
e
é 5 L
1 i
le —I—C )C —{I/ﬂ)( CTR lVout
— 1 1
(b)
J“fzc*
4 I
Yin/R
é R[ll] =c D %/MDC c=— Rj]lvm
2C*

Fig. 7. Filter synthesis: (a) third-order elliptic low-pass LC ladder
prototype; (b) gyrator—capacitor filter derived from (a); and (c) bal-
anced version of (b).

and 2’ has been scaled down by a factor of 2 to avoid a
5.5-dB gain peaking around 2.5 MHz (this was done by
doubling both the capacitance between nodes 2 and 2’ and
the transconductance of the two amplifiers, the inputs of
which are connected to these nodes). For a 4-MHz cutoff
frequency and with unit transconductance elements of 150
A /V, the capacitor values range from approximately 3 to
11 pF, to which the input and output stray capacitances of
the transconductors contribute about 30—40 percent.

As opposed to filter synthesis methods known as indi-
rect simulation or “voltage transfer simulation” methods
where voltages and currents in the LC ladder prototype
are simulated with voltages (as for most switched-capacitor
filters), the approach used here is referred to as direct
impedance simulation (voltages and currents in the LC
ladder branches are simulated by voltages and currents,
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respectively). As it may appear from the above example,
this approach is not applicable to any kind of filter struc-
ture because the gyrator implementation involves trans-
conductance amplifiers with nonzero input and output
parasitic capacitances.

In the case of low-pass LC ladders, a direct substitution
of inductors by gyrator—capacitor combinations (see Fig.
7) is possible since a shunt capacitor naturally appears on
both the input and the output ports of each gyrator. The
parasitic input and output capacitances of the transcon-
ductors then may be identified to functional capacitances
in the passive prototype and they can be properly accounted
for in the filter design. For most bandpass filters struc-
tures, however, a preliminary transformation of the ladder’s
series arms by means of additional gyrators is required
before inductance simulation can be performed without
introducing uncontrollable distortions in the filter re-
sponse [13].

V. AUTOMATIC TUNING CONTROL CIRCUITRY

Automatic tuning is of critical importance to control the
frequency response of continuous-time filters. Such a cir-
cuit is conveniently implemented by means of a phase-
locked loop using either a voltage-controlled filter (Fig.
9(a)) or a voltage-controlled oscillator (Fig. 9(b)).

In the first case, an external reference signal of well-con-
trolled frequency is applied to a second-order filter section
which is similar to those used in the filter to be tuned. The
frequency-dependent input-output phase characteristics of
this reference filter are then exploited to tune the circuit
[3]. For this reason, any offset in the phase comparator will
result in a frequency tuning error. A rough calculation
shows that for a typical +25-percent capture range (which
is reasonable with respect to the variations in process
parameters), the quality factor of a second-order reference
filter must be less than 2 [3]. From the corresponding
phase response, it becomes apparent that an offset of 2° in
the phase detection will result in a tuning error of about 1
percent. This puts stringent requirements on the phase
comparator accuracy and speed performance.

Another disadvantage of this first configuration is that
harmonic distortion in the reference signal will, to a cer-
tain extent, introduce additional tuning errors. This is
because the harmonics will not come out from the refer-
ence filter (the selectivity of which is limited for the
reasons stated above) with the same phase shift as the
fundamental frequency. When multiplied with the incom-
ing signal, these residual out-of-phase harmonics will alter
the result of the phase comparison. A quantitative analysis
[14] has shown that for a second-order bandpass reference
filter with a quality factor of 2, the harmonics of a square-
wave reference signal would introduce a systematic tuning
error of approximately 0.5 percent.

In the conventional approach (Fig. 9(b)), the multiplier
or phase comparator has to compare the frequency of the
signal coming out from the voltage-controlled oscillator
with that of the reference signal. As opposed to the preced-
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Fig. 9. Automatic tuning control methods using phase-locked loops: (a)
PLL with an auxiliary voltage-controlled filter (VCF), and (b) conven-
tional PLL using a voltage-controlled oscillator (VCO).
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Fig. 10. Automatic tuning circuit for the filter of Fig. 8. The nonlinear
conductance Gy, used in the second-order harmonic oscillator is
intended for amplitude regulation.

ing PLL configuration, absolute phase accuracy is not
necessary since only the phase variations of one signal with
respect to the other must be detected. The requirements on
the phase comparator are thus relaxed. The main problem
then is the implementation of a voltage-controlled oscilla-
tor that is well-matched to the filter to be tuned. The best
candidate is usually a second-order harmonic oscillator [1],
the amplitude regulation of which must be carefully con-
sidered since harmonic distortion and nonlinearities in
the transconductors would shift the effective oscillation
frequency, thus introducing a tuning error.

For the above reasons, the automatic tuning circuit for
the 4-MHz filter uses the latter PLL arrangement. The key
design issues were the following (Fig. 10):

1) considering unavoidable capacitive coupling and
limited power supply rejection, the reference fre-
quency has been set to 8.5 MHz, close to the trans-
mission zero within the filter stopband. In this way

Balanced transconductor-C active filter obtained from the cir-
cuit of Fig. 7(c) (g,, =150 pA/V for 4-MHz cutoff frequency).

e
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Fig. 11. (a) MOS implementation of the nonlinear amplitude limiting
conductance G,, and (b) i/v characteristics of the circuit elements
involved in (a).

the feedthrough from the oscillator to the filter is
expected to be minimized;

2) as good matching properties between the filter and
the oscillator are required, the latter was built around
a specific two-integrator loop which has been imple-
mented using the same unit transconductance ele-
ments and with approximately the same parasitic-
to-functional capacitor ratio and layout disposition;
and

3) finally, to avoid systematic tuning errors, the oscilla-
tion amplitude has been limited to 70 percent of the
linear portion of the i /v characteristic of the trans-
conductors by means of a simple nonlinear circuit,
the function of which is explained hereafter.

Fig. 11(a) shows the actual implementation of the nonlin-
ear conductance G, used for amplitude regulation in the
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Fig. 12. Typical equivalent “energy” dissipated into the amplitude

limiting network G,, of Fig. 11 over one oscillation period 7;, as a
function of the peak oscillation amplitude Vj,.

two-integrator oscillator of Fig. 10. To obtain the desired
nonlinear characteristic (Fig. 11(b)), the cross-coupled
MOS differential pair M10, M10’, is added to a linearized
transconductance stage (M11 to M12’) connected in unity
gain.

For small signals, this circuit is equivalent to a negative
conductance: it will therefore ensure oscillations build up
when connected to the two-integrator loop which behaves
like a passive LC resonant circuit. The amplitude of the
oscillations will increase until the current / flowing through
the nonlinear conductance G, has no more components
at the resonant frequency f, of the two-integrator loop.
Considering that thanks to the filtering action of the latter
the voltage V across Gy, is purely sinusoidal regardless of
the waveform of the current I, a stable oscillation ampli-
tude is obtained when [15]

'()TOV-Ldt:O

with
V=V, sin(2ufyt)
and

T,=1/f,. (14)

The above integral, which represents the equivalent “en-
ergy” dissipated into the nonlinear conductance G, over
one oscillation period Ty, is plotted in Fig. 12 as a function
of the peak oscillation amplitude ¥, for a typical imple-
mentation.

Considering our application, the design objectives for
the circuit of Fig. 11 will be to ensure a well-controlled
oscillation amplitude (within the linear range of the trans-
conductors used in the two-integrator loop) while keeping
the harmonic distortion at an acceptable level (e.g., a
third-order harmonic distortion of 2 percent will lower the
oscillation frequency by 0.16 percent [15, ch. 3]).

To achieve the same linearity performance, transistors
M11 to M12" must operate at the same gate overdrive
voltage as the input stage (transistors M1 to M2’ in Fig. 2)
of the other linearized transconductance elements used in
the oscillator and in the filter. Low harmonic distortion is
then obtained by limiting the bias current /,; to a small
fraction (between 10 and 20 percent) of the bias current of
the other transconductors.

In order to keep a good control of the oscillation ampli-
tude, the bias current and device sizes of the auxiliary
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cross-coupled pair M10 and M10’ must be chosen in such
a way that the resulting “energy” function (see Fig. 12)
presents a maximum slope around zero (i.e., at stable
oscillation amplitude). Simple analysis shows that this is
achieved when the small-signal transconductance of dif-
ferential pair M10 and M10’ is about 1.4 times as large as
the equivalent conductance of the linearized network M11,
M11’, M12, and M12'. The stable peak oscillation ampli-
tude, which must be set within the linear range of the
transconductors, is then approximately equal to 1.6 (V5 —
V) mio:

The limited quality factor of the two-integrator reso-
nator is adequately described by a parallel parasitic con-
ductance and may thus be properly accounted for by
consequently correcting the equivalent conductance of the
linearized network M11, M11’, M12, and M12".

VI. EXPERIMENTAL RESULTS

The above-described filter, including automatic tuning
control, has been designed for 4-MHz cutoff frequency
and fabricated in a 3-um single-poly single-metal p-well
CMOS process. Fig. 13 is a photomicrograph of the com-
plete circuit: the filter itself occupies the lower two-thirds
of the 0.9x1.2-mm? chip whereas the automatic tuning
circuitry is located in the upper third. Buffers using the
available n-p-n vertical bipolar transistor have been added
on the chip for measurement purposes.

A typical frequency response of the filter (including the
on-chip voltage followers) for three different temperatures
is reported in Fig. 14. Computer simulation showed that
the deviations from the ideal response (like the average
0.3- to 0.7-dB loss in the passband) are due to the limited
dc gain of the transconductance amplifiers (4,.= 70 at
25°C) and to the variations thereof with bias current and
temperature. The mean frequency of the transmission zero
is found to be within 1.5 percent of its designed value; the
spread around that value is about 1 percent (standard
deviation).

The performance characteristics of the filter are sum-
marized in Table II. The total harmonic distortion, mea-
sured for a balanced-driven input, is shown in Fig. 15 for
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Fig. 14. Measured frequency response of the integrated filter (¥, =
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Fig. 15. Measured harmonic distortion of the integrated filter.

TABLE II
TypPiCAL PERFORMANCE CHARACTERISTICS OF THE INTEGRATED
4-MHz FILTER
Vpp=—Vss=25V, f,=85MHz, T, =25°C)

passhand ripple i - 411Hz o
stopband rejection «f 2 8 MHz» > 23 a6
max output voltage (THD « -50 dB) 350 mVeme
RMS output noise (400 Hz - 40 MHz) 100 pv
reference signal feedthrough (f = 85 MHz, 60 v
dynarmc range 70 0B
SUpply rejection at 4 tMHz for Vpp 37 dB

for Vg 34d8
total power dissipation 16 mw
chip area 1§ mms

100 kHz, which is practically dc, and for 3 MHz. The latter
frequency corresponds to a peak gain of about 3 dB at
internal nodes 1 and 1’ (see Fig. 8); in this case, however,
the harmonics fall outside the passband. The distortion
characteristic obtained with a 1-MHz input signal (for
which most of the harmonics are still inside the passband)
is situated in between the two other curves; for the sake of
clearness it has not been reported on this figure. In any
case the THD stays below 0.3 percent up to 1-V_, (350
mV,.,) output voltage. With a single (unbalanced) input
signal, the distortion for the same output voltage is found
to be approximately twice as large.
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The total output noise power in the 400-Hz to 40-MHz
band is 100 pV. This value does not include feedthrough
from the automatic tuning circuit which is responsible for
an additional 60-pV signal at 8.5 MHz. The resulting
dynamic range is then evaluated to 70 dB.

The power supply rejection at 4 MHz is better than 34
dB for both supplies and the complete circuit dissipates
only 16 mW from +2.5-V supplies.

VII. CONCLUSIONS

A new differential voltage-to-current converter has been
proposed and experimented. The circuit is built around a
simple four-transistor core cell and represents a significant
improvement over previous realizations in terms of maxi-
mum signal-to-noise ratio, minimum supply voltage, and
power consumption while preserving simplicity and good
high-frequency performance. It has been used for the
realization of a video frequency continuous-time filter but
it might also find application in other types of con-
tinuous-time signal processing circuits where simple but
reasonably accurate V-to-I converters are required.

The expectable performance of MOS continuous-time
filters in the megahertz range has been illustrated by a
specific example. In the circuit presented, the accuracy of
the filter response is limited by the low dc gain of the
transconductance amplifiers used; it is believed that for
filtering applications requiring a higher selectivity some
kind of automatic loss compensation circuitry will be
necessary. In any case, filter accuracy is ultimately limited
by transconductor matching.

Good dynamic range, low power dissipation, and re-
duced chip area indicate that such filters may be incorpo-
rated into a VLSI chip. With present MOS technologies,
switched-capacitor filters appear to be limited to video
frequencies, whereas continuous-time filters are likely to
be able to operate at still higher frequencies (see, for
example, [16]). Recent digital video filters of comparable
performance [17] typically consume ten times more power
and ten times more silicon area.

Although the design methodologies for continuous-time
filters are well-known and exact, one must be aware that
for high-frequency applications accurate device-level mod-
eling is essential for first time success.
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